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In this paper we describe a new approach to dual-channel space diversity 
combining in microwave digital radio. This approach features (1) adaptive 
control of the relative amplitudes and phases of the two branch gains; and (2) 
a search strategy, based on noncoherent spectrum measurements at the 
combiner output, that simultaneously accounts for both dispersion and noise. 
Computer programs have been developed to simulate the search process and 
to analyze the resulting performance. Eight representative channel response 
pairs are postulated and performance results are presented for each. They 
show that the scheme provides a high degree of channel equalization over 
bandwidths up to at least 40 MHz, and that, in receivers not using adaptive 
equalizers, it offers major improvements in detection performance over selec­
tion diversity. 

I. INTRODUCTION 
In a terrestrial digital radio link, frequency selective fading caused 

by multipath propagation presents the major threat to system availa­
bility. Efforts to reduce channel dispersion, and thus to increase 
availability, typically center on the use of adaptive equalization and/ 
or dual-branch space diversity.1"11 

Most conventional space diversity schemes use either selection 
switching or so-called "in-phase" combining of the diversity branches. 
The latter approach concentrates on maximizing the combiner output 
power rather than on minimizing channel dispersion. Recent work, 
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however, has dealt with "out-of-phase" combining, which reduces 
output dispersion by suitably adjusting the relative phases between 
the two branches.4,8 This approach can completely eliminate dispersion 
for certain two-path propagation situations, but not under more gen­
eral and realistic conditions. 

In this paper, we describe a combiner in which the relative phases 
and amplitudes of the two branches are controlled. With little increase 
in complexity, this approach allows the effects of both dispersion and 
noise to be jointly minimized. We shall consider this type of combining 
within the context of M-level Quadrature Amplitude Modulation (M-
QAM) systems. 

Two specific approaches for finding the best amplitude and phase 
adjustments are described in Section II. One in particular, based on 
noncoherent spectrum measurements at the combiner output, is iden­
tified for further study. The simulation and analysis of this scheme 
are discussed in Section III, and its performance for several postulated 
dual-channel response pairs is assessed in Section IV. Comparisons 
with other diversity and nondiversity approaches are also given and 
attest to the effectiveness of the new scheme. 

II. THE DIVERSITY COMBINER 
2.1 Rationale 

The idea of using both amplitude and phase adjustments in space 
diversity combining, while not entirely new, has yet to be fully under­
stood and optimally exploited. We now illustrate the potential power 
of this form of combining under quite general circumstances. To do 
so, we will invoke some recent work on the modeling and analysis of 
multipath fading responses. 

Let Hi{f) and H2(f) be the complex frequency responses of a fading 
channel as viewed by two vertically spaced receiver antennas. Under 
nonfading conditions, these functions are flat with frequency at unity 
amplitude (\Hi(f) \ = \ H2(f) | = 1). In all that follows, we measure / 
from the center of the radio channel, so that Hi(f) and H2(f) are 
baseband functions. Moreover, we are interested in their variations 
over just the interval [—W/2, W/2], where W is the channel bandwidth 
in hertz. Since multipath fading arises from a finite number of discrete 
propagation paths, we can present Hi(f) and H2(f) in the following 
general forms: 

Hi(f) = Σ Äi*exp{-/(u,Tu - Öi*)) (l) 
*=ι 

and 

H2{f) = Σ Ä2*exp{-;(ior2* - 02k)). (2) 
*=i 
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In (1), Ki is the number of paths and TU, RU, and 0i* are the time 
delay, amplitude, and phase, respectively, associated with the fcth 
path. Similar definitions apply to K2, r2k, #2*, and 02* in H2(f). 

Typically, multipath propagation on microwave radio links exhibits 
delay spreads on the order of 10 ns or less, i.e., the largest and smallest 
r values differ by amounts small compared to 1/W, where W ^ 40 
MHz in the common carrier bands. This observation inspired earlier 
efforts to approximate fading channel responses using low-order pol­
ynomials in ,/'ω.12 

To be concrete, let Hi(f) and H2(f) be represented by the infinite 
power series 

Hdf) = e-^[Ai + jœBi + (ja>)2Ci + · ■ ■] (3) 
and 

H2(f) = e-jat*[A2 + ]ωΒ2 + (;a>)2C2 + · · · ] , (4) 
where ix and t2 are arbitrary, and the A's, B's, and so on are complex 
coefficients. Using the power series expansion for eix, they can be 
easily related to the parameters of the functions (1) and (2), e.g., 

K K 

A! = Σ Äi*e"*, ß i = Σ RikejeHti - rik), (5) 

and so on. 
The essence of first-order polynomial fitting is this: Given Hi(f), a 

value for ti can usually be found such that (Ai +jwBi) is the dominant 
part of (3) over [— W/2, W/2], all higher-order terms injo) being small, 
in some sense. Similarly, a value for i2 can usually be found that does 
the same for H2(f), (4). That such first-order polynomial fitting is 
reasonable to do in common carrier channels has been supported by 
theory,13 noncoherently measured data,12 and (more recently) coher­
ently measured data.14 

Now suppose that a space diversity combiner were used having an 
adjustable time delay (τ) and complex gain (ß) in the second branch. 
The composite channel response, as viewed at the combiner output, 
would then be 

H(f) = Hi(f) + ße'^mf). (6) 
If T and ß were adaptively adjusted to be 

T = ti-t2 and β = -Βι/Β2, (7) 
we could then write [see (3) and (4)] 

{second- and I 
higher-order Y. (8) 

terms in jw J 
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Thus, by proper choice of delay and gain in one branch, the channel 
response could be made dispersionless except for small higher-order 
terms in jw. This is a quite general result for the channels of interest 
and shows the power of the combining approach under study. If ß 
were a phase-only factor [ß = exp(y'0)], such a strong reduction in 
dispersion would only be possible in those fortuitous situations where 
\B1\ = \B2\. 

2.2 The combiner structure 
The above discussion suggests both a particular structure, (6), for 

the combiner and particular solutions, (7), for the variable parameters. 
The discussion was intended, however, to provide insight rather than 
to identify a serious design approach. For one thing, a variable time 
delay would be difficult to implement and would offer little incremental 
benefit in most cases. In addition, the solutions of (7) do not properly 
address either the residual dispersion (i.e., higher orders in ja) or the 
receiver noise. If, for example, Ai/Bi and A2/B2 happened by chance 
to be close in value, the first term in (8) would be severely weakened 
in the process of eliminating the ju term; this would enhance the 
effects of both the remaining dispersion and the noise. 

Accordingly, we propose a combiner in which the relative amplitudes 
and phases in the two diversity branches are adaptively adjusted, but 
not the delays. Thus, 

H(f) = ftiW) + 02ÌW), (9) 

as indicated in Fig. 1, where ßi and ß2 are adapted gains. (Because the 
dominant thermal noise is introduced before the combiner, several 
ways of adapting ßi and ß2 would, in theory, yield equivalent perform­
ance. For example, one gain could be held fixed, or adapted in ampli­
tude only, with the other being adapted in both amplitude and phase; 
or both gains could be adapted in both amplitude and phase. Each of 
these approaches would permit the adaptation of the relative complex 
branch gains, which is all that matters.) Moreover, we propose the use 
of control strategies that take proper account of both dispersion and 
noise. 

2.3 Control strategies 
We shall discuss two distinct approaches for controlling the gain 

pair (ßi, ß2) in (9). The first approximates the theoretically best way 
to do combining when there is no post-combiner equalization. The 
second approach, thought suboptimal, has features that make it at­
tractive both with and without post-combiner equalization. The new 
scheme reported here incorporates the second approach, whose per­
formance we will compare with that of the first. 
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Fig. 1—Block diagram of the space diversity combiner. In this scheme, noncoherent 
spectral measurements are made on the combiner output at three or more inband 
frequencies, and the control measure formed from them is used to adjust the complex 
gains ßi and ß2. The combining is shown at Radiofrequency (RF) but could be at 
Intermediate Frequency (IF) instead. 

Approach 1: Assume for now that there is no post-combiner equali­
zation. In that case, the detection bit error rate is virtually minimized 
by choosing (ßu ß2) to maximize the ratio of sampled signal to root 
mean squared (rms) distortion at the receiver output. By "sampled 
signal," we mean the half-distance between signal levels, as sampled 
in every period at the in-phase and quadrature detectors; by "rms 
distortion," we mean the rms sum of thermal noise and Intersymbol 
Interference (ISI) sampled at the detectors. This signal-to-distortion 
ratio [defined formally by (26) and expressed by (28), below] depends 
on Hi(f), Hi(f), ßi, ß2, and other factors; most important, it is convex 
in βι and ß2. The result is that there is a unique value of relative 
complex gain, ft//32, that maximizes this ratio. We shall regard as 
optimal any gain pair (ßi, ß2) that exhibits this maximizing relative 
gain. 

There is a practical way to realize optimal values for ft and ß2, 
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namely, gradient search methods using data decisions.15,16 The action 
is similar to that of an adaptive transversal equalizer, with βι and ß2 
taking the place of the optimized tap gains. We shall refer to this or 
any decision-directed scheme that optimizes (ßu ß2), in the sense 
defined above, as Approach 1. 

Approach 2: A potential liability of Approach 1 is that it relies on 
having accurate data decisions, a condition that may not always exist 
(e.g., during recovery from severe fades). The scheme to be reported 
here is based on a different strategy, which we designate as Approach 
2. It consists of (1) performing certain noncoherent spectral measure­
ments on the combiner output; and (2) sequentially searching over 
(ßi, ßz) so as to maximize a certain quantity [eq. (18), below] computed 
from these measurements. By adapting ßi and ß2 in this way, a close 
approximation to the "optimal" condition defined above can be 
achieved, as we show later. That is, Approach 2 should yield near-
optimal detection performance for receivers having no post-combiner 
equalization. For cases where such equalization is used, Approach 2 
would serve a different purpose—reducing the signal dispersion as 
seen by the equalizer input, thereby simplifying the requirements on 
equalizer design (e.g., number of taps) and improving convergence 
speed. Thus, Approach 2 has the twin virtues of not relying on data 
decisions and having utility both with and without post-combiner 
equalization. 

To describe Approach 2, we refer to the block diagram of Fig. 1. The 
combiner output signal, y (i), has a power spectrum density given by 

Sy(f) = S(f)\H(f)\2 + NA\ß1\2+ \ß2\2)\HR(f)\2, (10) » ¥ ' v i , 
Signal Noise 

where N0 is the power spectrum density of the receiver input noise,* 
HR(0 represents whatever receiver selectivity precedes the combiner 
output, and S(f) is the spectral density of the signal (excluding channel 
and combiner effects). More specifically, 

S(f) = S0\HAf)\2\HR(f)\2, (ID 
where | HT(f) I2 represents the spectral shaping in the transmitter and 
S0 is a spectral density scale factor. 

All functions and parameters in (10) and (11) are design-specified 
except |ßi | and \ß2\, which are controlled by the combiner circuitry, 
and \H(f)\, which must be measured in real time. Our scheme 
estimates \H(f)\ at N evenly spaced frequencies (N odd) within the 

* Though not made explicit by the figure, we assume there is sufficient front-end 
amplification that the combiner gains ßi and /32 have no effect on receiver noise figure. 
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channel bandwidth by estimating the corresponding values of Sy(f) 
[see eq. (10)]. Based on these estimates, ft and ft are adjusted to 
maximize a computed performance measure, Y, which we introduce 
shortly. Before doing so, we define the following: 

Δ/ â Spacing between estimates of \H(f) |, (12) 

where (N - 1)Δ/*ξ W; 
Hnà\H(fn)\, /„ = ηΔ/(η = 0, ±1, ·.· ±(ΛΓ-1)/2) ; (13) 

Π à Ave{Hn\ = "Average Signal Gain"; (14) 
n 

Xeig à Ave\S(fn)\(R)2W = "Signal Power"; (15) 
n 

Xdi8 â Ave|S(fn)(Hn - R?\ W = "Distortion Power"; (16) 
n 

Xnase â N0(| ft |2 + | ft |2)Ave(| HR(fn) |2}W = "Noise Power"; (17) 
n 

where W and T are the channel bandwidth and digital symbol period, 
respectively. All quantities in these equations are known a priori except 
the H„ values, which are measured. 

We now define the performance measure to be computed and 
maximized, namely, 

Y 4 -Xeig/(Xdi8 + Xnoise)· (18) 

This ratio is an approximation, computed from noncoherent spectral 
measurements, of the detector output signal-to-distortion ratio defined 
by (26), below. It is an apt measure to maximize in its own right, for 
the following reasons: In typical digital radio links, noise will not be a 
serious factor unless Hi(f) and H2{f) are strongly faded. Therefore, 
maximizing Y will, in most cases, amount to minimizing the ratio 
-Xdie/-Xeig, which is a measure of the dispersion in H(f). Including X„0ÌK, 
however, safeguards against minimizing this ratio at an undue cost in 
signal (Xeig) and thus seriously degrading the signal-to-noise ratio. 

The control strategy is therefore as follows (see Fig. 1): At the 
combiner output, a parallel bank of envelope detectors is used to 
estimate \H(f)\ at N frequencies. The spectral samples are digitized 
and applied to a microprocessor, which computes Y. This measure 
drives the search over | f t | (or | f t | ) and φ = Arg{ft), i.e., these 
quantities are adjusted so as to maximize Y. Typically, they are 
adjusted iteratively, e.g., φ is changed in 0.1-radian step until a local 
maximum is found; then | ft | or | ft | is changed from 1 in steps of 0.1 
until a maximum is found; and this process repeats, possibly using 
smaller steps in successive rounds, until Y can no longer be increased 
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by varying either ß or φ. If each measurement (i.e., set of estimates of 
\H{f)\ at N frequencies) and computation for Y takes tM seconds, 
and NA steps are needed to find (0lf β2), then the "solution time" of 
the combiner will be about NAÎM· This number should be small 
compared to 1 second to achieve timely adaptation to multipath fades. 

2.4 Measurements 
We now discuss the scheme for measuring the set of Hn's in (13). In 

our simulations (Section III) we treat only the case where N = 3 and 
Af = W/2 (i.e., three samples, taken at the channel edges and center). 
In practice, the outer samples would probably be closer-in so as to 
minimize errors from adjacent-channel interference. Also, higher val­
ues of N (e.g., N = 5) might be worthwhile. 

To see how accurate estimates of Hn might be obtained, let G(f) 
represent a low-pass power gain function with bandwidth 6/2 <sc W. 
We envision the measurement of Hn as involving a bandpass filter 
with power response G(f — nAf) followed by envelope detection and 
tjvr-second averaging of the detector output (Fig. 1). Referring to eq. 
(10), the average power at the output of the bandpass filter will be 

Pn = J \S(f)\H(f)\2 

+ N0(\ ßi I2 + IA l2)l HR(f) \2)G(f - nAf)df, (19) 
where S(f) is defined by (11). Assuming a square-law detector, the 
time-averaged detector output will be 

/ P \ - P -u (Fluctuation Noise;l . . 
<F„> - Pn + | V a r i a n c e „pn/btMf · (2°) 

We now define two constants related to the system design functions, 
namely, 

Vn à N0 J IHR(f) \2G{f - nAf)df (21) 

and 

* / S(f)G(f - nAf)df. (22) 

Based on (19) and the fact that H(f) changes little over the bandwidth 
6, a microprocessor can estimate H„ using the formula 

6. = \Μ>-»ιι*ι·*ι53, (23) 
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where (P„) is measured in real time; |/3i| and |/32| are controlled 
parameters of known value; and ηη and ξη are predetermined constants. 

Equation (23) shows how Hn is computed in terms of measured or 
known quantities. To see what this computed number represents, we 
insert (19) through (22) into (23) and obtain 

[ S(f)G(f-nAf)\H(f)\*df 
Λ / JTerm due solely toi (C)A\ 

/ T~~ (fluctuation noise Γ l Z 4 ' 
V j S(f)G(f - nAf)df l ' 

We can now cite choices for b and ÎM that lead to accurate and 
sufficiently rapid estimations of H„. As b gets very small, the first 
term under the radical sign in (24) approaches Hi, so that the major 
inaccuracy in Hn is due to fluctuation noise. To be more precise, the 
first term is close to Hi so long as \H(f) |2 changes little over the 
passband of G(f — nAf). Since we are considering propagation media 
with delay spreads of just a few nanoseconds, the design rule 6 ^ 2 
MHz should permit more than adequate resolution in this regard. To 
achieve low mean-square fluctuation noise as well [second term in 
(24)], the condition btM s* 4000 should be satisfied [see (20)]. Thus, 
with 6 = 2 MHz and ÎM = 2 ms, Hn can be approximated with high 
accuracy by the quantity H„. Moreover, this design choice would 
permit numerous iterations of the search over ft and ß2 before the 
medium response changes appreciably. 

III. PERFORMANCE STUDY 
3.1 Cenerai 

We have written a set of computer programs to simulate the behavior 
of the combiner scheme described above (Approach 2) and to analyze 
its performance and that of other receiver techniques. Each simulation 
is done for a specific pair of fading functions, Hx(f) and H2(f), and for 
a specific value of Carrier-to-Noise Ratio (CNR). What is simulated 
is the sequential search over ft and ft, as performed by a receiver in 
real time to maximize the computed measure Y [see eq. (18)]. 

The analysis programs compute a detection performance measure 
for a nonequalized receiver using the (ft, ft) pairs derived in the 
simulations for Approach 2. The same measure is also computed for 
the cases of optimal combining (Approach 1) and no combining (non-
diversity). Also, the analysis programs examine the signal dispersion 
at the combiner output for these various cases, which has relevance to 
receivers with post-combiner equalization. 
3.2 Response pairs studied 

We have specified eight distinct pairs of Hi(f) and H2(f) for pur­
poses of study. These pairs are collectively representative of what 
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Table I—Dual-channel response pairs studied 

CASE 

1 

2 

3 

4 

PLOTS OF 
l«,(/)l,l«2(Ol 

(IN dB) 

f \H\ IN dB 

-10 
—- l«2l 

—io 
f IN M H z - * 
-10 0 10 

1 1 1 

-10 

-0 "ν^ 

- 1 0 l « , | 

-10 0 10 
1 1 1 

-10 

- 1 0 ^ 

-10 0 10 
1 1 1 

-10 

_0 l«2l _ 

-io\ y 
- i o \ o / i o 

1 > • 1 

SPACE 
DIVERSITY 
CHANNEL 

1 

2 

1 

2 

1 

2 

1 

2 

PATH 
NUMBER, 

k 

1 

2 

1 

2 

1 

1 

2 

1 

2 

1 

2 

1 

2 

1 

2 

UN ns) 

-4.0 

+1.0 

-2.0 

+4.0 

-4.0 

-5.0 

+3.0 

-1.0 

+2.0 

-2.0 

+2.0 

-1.0 

+2.0 

-2.0 

+2.0 

Rkexpiiek) 

1.0 +/0.1 

-0.5 + /Ό.9 

1.1 +/Ό.4 

0.9 - /0.4 

0.2 + /Ό.1 

-1.1 +/0.6 

0.5 +/Ί.1 

1.0 +/0.1 

-0.9 + /0.5 

1.1 +/0.9 

-1.0 +/Ό.5 

1.0+/Ό.0 

-0.9 + /Ό.0 

1.1 +/Ό.0 

-0.5 + /Ό.0 

might arise in actual radio links using space diversity. In each case, 
Hi(f) corresponds to a one-, two- or three-path medium, and similarly 
for H2(f). [In terms of (1) and (2), Kx = 1, 2, or 3 in each case, and 
similarly for K2.] The corresponding time delays and complex gains 
are summarized in Table I. Also shown for each case are graphs of 
| Hi(f) | and | H2(f) \, in decibels, over a 40-MHz bandwidth. 
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Table I—(Cont.) Dual-channel response pairs studied 

CASE 

5 

6 

7 

8 

PLOTS OF 
ΙΗ,ΙΜΙ. I«2( f ) l 

(IN dB) 

-10 

\ i«2y 

-10 

- 0 ^ 

- 1 0 / 

/ - 1 0 0 10 
f 1 1 1 

-10 

- 0 

""""i/̂ l 
—10 

-io o 10 
1 1 1 

- i o 

. WjJ 

- 0 

—io " — Π Λ / , Ι 

- I O o io 
1 1 1 

SPACE 
DIVERSITY 
CHANNEL 

1 

2 

1 

2 

1 

2 

1 

2 

PATH 
NUMBER, 

1 

2 

1 

2 

1 

2 

1 

2 

1 
2 
3 

1 
2 
3 

1 
2 
3 

1 
2 
3 

Tk 
(IN ns) 

-2.0 

+2.0 

-1.0 

+3.0 

-3.0 

+3.0 

-3.0 

+1.0 

-3.0 
0.0 

+2.0 

-3.0 
0.0 

+2.0 

-3.0 
-1.0 
+2.0 

-2.0 
+1.0 
+2.0 

Rkexpi/6k) 

1.0 +/Ό.0 

-0.872 - / 0.223 

0.54 + /Ό.84 

-0.66 - /Ό.60 

1.0 +/Ό.0 

-0.5 + /Ό.0 

-0.068 - /Ό.998 

0.48 + /Ό.76 

0.0 - / Ί . 0 
0.5 + /0.5 
1.0 + /Ό.0 

0.0 - / Ί . 0 
-0.5 + /Ό.5 
0.5 + /Ό.0 

-1.0 + /Ό.5 
0.2 + /Ό.7 
0.5 - / Ί . 0 

1.0 -/Ό.2 
1.0 -/Ό.2 
0.5 + /Ό.5 

Because of additive noise, the receiver performance for a given 
response pair would be affected by any amplitude scaling of {Hi(f), 
Hiif))· We permit the possibility of such a scaling, for each case in 
Table I, by including it in the carrier-to-noise ratio parameter dis­
cussed below. 
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3.3 Signal design assumed 

We assume throughout the study that the signal spectral density 
S(f), (11), is rectangular over the channel bandwidth, with magnitude 
S0. This corresponds to the use of ideal Nyquist pulses with 0-per­
cent roll-off factor (a = 0) and a symbol rate equal to the bandwidth 
(1/T= W). While not realistic, this assumption both simplifies the 
analysis and leads to somewhat poorer results than for other (more 
tapered) spectra.17 It thus serves both convenience and our confidence 
in whatever favorable outcome the study predicts. Adding to the 
"worst-case" nature of the results is that they are obtained for the 
largest common carrier channel bandwidth, W = 40 MHz. 

3.4 Carrier-to-noise ratio 
Finally, we introduce a so-called flat fading gain, g, with which we 

can amplitude-scale the various pairs (Hi(f), H2(f)) in Table I. Ac­
cordingly, we define the flat-fading carrier-to-noise ratio to be 

CNR â g2S0/N0. (25) 
A typical system value for this quantity, with g2 = 1, is 106 (60 dB). 
We will consider a wide range of values for CNR, thereby accommo­
dating a wide range of amplitude scaling factors. 

3.5 Method of analysis 

We consider an M-level QAM system with the previously noted 
Nyquist signaling. At each baseband detector, data decisions are made 
every T seconds by comparing the sampled input with a set of decision 
thresholds. We now introduce the following new quantities: 

Ps 4 The squared signal sample (excluding ISI and noise) at 
either baseband detector, when a data value of +1 or —1 is 
being detected; 

Pi, PN âThe mean-squared ISI and noise, respectively, associated 
with the periodic samples at either baseband detector. 

We define the detection signal-to-distortion ratio to be 

PD à Ps/(P, + PN) (26) 

and note that this quantity yields a reasonably tight upperbound to 
the bit error rate, via18 

Bit Error Rate s£ 2 exp(-p/>/2). (27) 
We thus regard PD as a proper index for evaluating digital radio receiver 
performance. 

Now consider a space diversity receiver using no post-combiner 
equalization and exhibiting a channel response H(f), (9), at the 
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combiner output. For the assumed M-QAM system, with optimal 
timing and carrier recovery, we can show that 

3 CNR(HLJ , - 3 — r (28) 
M - l C N R ( | t f | 2 - / r L J + (l/?i |2+l02|2) M~l ' 

where 
I rw/2 

(29) 
rw/2 

H^ à Max \T H(f)e-jut-df -W/2 

and 
rw/2 

fffpâ T Ι Η ' Λ | 2 ' 
J-v 

\H\2àT \H(f)\2df. (30) 
J-W/2 

Note that the dependence of po on M resides entirely in the factor 
3/(M — 1). By using Γ as our signal-to-distortion measure, therefore, 
we can remove M from the set of problem variables. 

Since H(f) is linear in βι and β2, a solution exists for these gains 
(actually, for their ratio) that maximizes Γ. The solution can be found 
analytically by a variation on the method outlined in Section 5.1 of 
Ref. 15. In an actual receiver, the solution can be closely realized using 
practical circuitry, which we have designated as Approach 1 (Section 
2.3). This solution for (ft, ß2) is defined here to be optimal, and we 
will compute and present Γ results corresponding to it. These will be 
compared with Γ results for the "suboptimaP (ßu ß2), which we define 
as the pair produced under Approach 2 (Section 2.3) and which are 
obtained here via computer simulations. For completeness, we will 
also show Γ results for the case of no diversity, i.e., either βι = 1, 
ß2 = 0 (Branch 1 only is processed) or βι = 0, ß2 = 1 (Branch 2 only is 
processed). 

Finally, in consideration of receivers using post-combiner equaliza­
tion, we define a "dispersion index" for H(f) as follows: 

Rk 
Max{|tf(/)|} 

/ 
Mini | i i ( / ) |} 
• / 

| / | « 20 MHz. (31) 

This is just the range of \H(f)\ over a 40-MHz channel bandwidth. 
Gersho has shown that adaptive equalizers converge more rapidly 
when this ratio is close to unity.19 Another likely benefit of near-unity 
R is that effective equalization should be attainable using a relatively 
small number of equalizer taps. We will compute R for the same cases 
that we compute Γ. 
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3.6 Simulation of the search algorithm for Approach 2 

The simulations assume three spectrum measurements located at 
—20 MHz, 0 MHz, and +20 MHz relative to the band center. As noted 
before (Section 2.4), we can identify design parameters that drive 
measurement inaccuracies to negligible levels. For this reason, we 
assume exact spectral estimates and have not attempted to simulate 
measurement inaccuracies. 

For a given response pair (Table I) and CNR, (24), the simulation 
proceeds as follows: During the search process one of the ß values is 
always set to unity with the other value less than or equal to unity. 
Initially, | ft, 11021 and φ are set to 1.0, 1.0 and 0, respectively. Then 
φ is varied in 50-radian steps until Y, (18), is maximized. Next, | ft I 
is varied in steps of δβ (if the simulation calls for increasing | ft I above 
unity, we set | ft | = 1 and decrease | ft | instead) until Y is again 
maximized. The procedure is then repeated until Y cannot be further 
maximized. 

In the simulations, we generally started with δβ = 0.1 and δφ = 0.1 
radian. We noticed that a steady-state result usually required about 
twice the number of steps needed to reach it directly. For example, if 
the solution were | ft | = 1.0, | ft | = 0.4, and φ = 3.1 radians, a "direct" 
path would entail six 0.1-step changes in | f t | and 31 0.1-radian 
changes in φ, or 37 steps in all. The maximizing algorithm described 
above, however, was found to take about 74 steps. Using δβ = 0.01 and 
δφ = 0.01 radian would, of course, require 740 steps. Our approach 
was to use 0.1 for both increments until a stable solution was reached 
and then to proceed to a finer solution by changing both increments 
to 0.01. The end results using this faster two-stage process were 
identical to those obtained by using 0.01 throughout. 

Using the two-stage process, the measurement steps needed to reach 
a solution should not exceed perhaps 200 for a "cold start" adjustment 
of the combiner gains. For ijv/ = 2 ms per measurement, this corre­
sponds to a solution time of 0.4 second. In the dynamic situation 
where the receiver tracks the channel variations, the solution time 
would be much shorter. 

An important question is whether the derived solutions for (ft, ft) 
are unique. We explored this question for each of the eight cases in 
Table I, plus a few others. For each case, we simulated the search 
process using 24 different starting points for | ft |, | ft | and φ. Specif­
ically, ( | ft |, | ft | ) was initialized to each of three different pairs of 
values, namely, (0.5, 1.0), (1.0, 1.0), and (1.0, 0.5); and, for each such 
pair, φ was initialized to each of eight values, namely, 0, 45, 90, 
315 degrees. In studying the 24 solutions for each case, we observed: 

1. The solution for (ft, ft) was not unique in every case; for some 
cases, multiple local maxima for Y were found to exist, and the search 
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algorithm converged to one or another, depending on the starting 
point. 

2. The multiple-solution condition appears to exist only at high 
CNR (»40 dB); for CNR = 20 dB, all solutions for (ft, ft) were found 
to be unique.* 

3. In those cases where multiple solutions did exist, the lowest of 
the resulting Y values was always quite good (>30 dB) and usually not 
much below the highest Y. 

From these observations, we tentatively conclude that the proposed 
scheme converges to stable solutions under all circumstances. Further, 
the solutions seem to be nonunique only in circumstances where all of 
the possible solutions are satisfactory. 

IV. RESULTS 

A qualitative assessment of the combining scheme can be gained 
using graphical results. Figures 2, 3, and 4 show, for each of Cases 1, 
3, and 4 in Table I, plots ofHi(f), H2(f), and the H(/) obtained when 
CNR = oo. In each figure, the severe dispersions of Hi(f) and H2(f) 
are seen to be almost eliminated by the combining: H(f) presents a 
nearly flat amplitude response and a nearly linear phase response over 
the channel bandwidth. 

To make the assessments more quantitative, we have computed Γ 
and R, (28) and (31), for each case in Table I; for each of the CNR 
values 60 dB, 40 dB, and 20 dB; and for each of the following four 
solution strategies for (ft, ft): 

Solution 1: Optimal; based on Approach 1, it leads to a maximum 
for Γ with respect to ft and ft. 

Solution 2: Suboptimal; based on Approach 2, it leads to a maximum 
for Y with respect to ft and ft.f 

Solution 3: Nondiversity; Branch 1 processed only. 
Solution 4: Nondiversity; Branch 2 processed only. 
We define Γ, and Ä,-(i = 1, 4) to be the decibel values of Γ and R, 

respectively, for Solution 1. The results are given by Tables II, III, 
and IV, each corresponding to one of the three values of CNR. 

V. DISCUSSION AND CONCLUSION 

The data of Tables II through IV lead us to the following observa­
tions: 

1. Comparing Γ2 with Γ3 and Γ4 reveals that an unequalized receiver 

* Under low CNR conditions, the noise term dominates. Since the noise term is 
quadratic in ft and β2, it leads to a unique maximum for Y. 

f In all cases where multiple solutions were found to exist, we used the one corre­
sponding to the higher Y. 
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Table II—Combiner performance results for CNR = 60 dB 
Detection Measure (in dB) Decibel Range of \H(f)\ 

Case 
1 
2 
3 
4 
5 
6 
7 
8 

Γ, 
43.80 
46.99 
36.06 
53.13 
29.23 
35.32 
42.28 
63.84 

r2 
42.67 
46.99 
35.62 
53.12 
27.60 
34.99 
40.72 
59.24 

r3 
11.12 
46.99 
9.17 
6.82 
2.80 

18.21 
18.31 
10.70 

r4 
20.88 
11.15 
13.39 
25.91 
3.02 
5.38 

17.80 
29.02 

Ri 

0.11 
0.006 
0.21 
0.002 
0.37 
0.26 
0.11 
0.006 

R2 

0.062 
0.0 
0.14 
0.001 
0.27 
0.21 
0.13 
0.022 

R3 

9.34 
0.0 

12.25 
11.35 
16.96 
3.19 
3.76 
7.38 

TU 
2.77 
9.79 
6.82 
1.39 

16.49 
19.09 
3.08 
1.06 

Table III—Combiner performance results for CNR = 40 dB 
Detection Measure (in dB) Decibel Range of \H(f)\ 

Case 
1 
2 
3 
4 
5 
6 
7 
8 

Γ, 
41.01 
27.46 
29.91 
33.38 
27.11 
31.29 
38.08 
46.23 

r2 
40.43 
26.99 
29.60 
33.33 
25.70 
30.97 
37.72 
46.00 

r3 
11.12 
26.99 
9.16 
6.77 
2.79 

18.13 
18.30 
10.68 

r4 
20.86 
11.15 
13.39 
25.51 
3.00 
5.37 

17.71 
28.96 

Ri 

0.11 
0.44 
0.41 
0.11 
0.40 
0.36 
0.17 
0.022 

R j 

0.06 
0.0 
0.18 
0.05 
0.27 
0.21 
0.13 
0.014 

Ra 
9.34 
0.0 

12.25 
11.35 
16.96 
3.19 
3.76 
7.38 

R« 
2.77 
9.79 
6.82 
1.39 

16.49 
19.09 
3.08 
1.06 

Table IV—Combiner performance results for CNR = 20 dB 
Detection Measure (in dB) Decibel Range of \H( f ) \ 

Case 
1 
2 
3 
4 
5 
6 
7 
8 

I \ 
25.98 
12.91 
14.68 
15.67 
11.72 
15.21 
23.80 
27.63 

r2 
25.76 
12.54 
14.35 
15.63 
11.68 
15.14 
23.74 
27.63 

r3 
10.68 
6.99 
8.29 
3.58 
1.97 

13.49 
17.69 
9.09 

r4 
19.67 
10.96 
12.93 
15.64 
2.19 
4.76 

12.75 
25.41 

R. 
0.58 
5.72 
3.96 
1.54 
2.16 
1.99 
0.75 
0.22 

R2 

0.43 
4.31 
2.85 
1.37 
1.83 
1.62 
0.63 
0.20 

R> 
9.34 
0.0 

12.25 
11.35 
16.96 
3.19 
3.76 
7.38 

R, 
2.77 
9.79 
6.82 
1.39 

16.49 
19.09 
3.08 
1.06 

with "suboptimal" space diversity combining would generally perform 
much better than one using no diversity (Γ3 or Γ4) or selection diversity 
(the larger of Γ3 and Γ4). 

2. Comparing Γ2 with ΓΊ reveals that the "suboptimal" combiner 
would perform nearly as well as the "optimal" one, at least for the 
response pairs considered here. 

3. For the "suboptimal" combiner, the range (R2) of the post-
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combiner frequency response is generally much smaller than that for 
either branch alone (R3 and i24). It is also comparable to that for 
"optimal" combining (Ri), often being even smaller. 

4. Comparing Tables II, III, and IV reveals the trends of combiner 
performance as CNR decreases from high values (>40 dB) to low ones 
(20 dB). At high values, the combiner emphasizes minimum dispersion, 
as reflected in the data for R; at low values, combiner action aims 
more at minimizing noise and so dispersion reduction is limited. 

It thus appears that the noncoherent measurement/control scheme 
described here would be effective in any receiver situation. This 
includes receivers without post-combiner equalization, wherein Γ 
should be maximal to optimize detection; and receivers with equali­
zation, wherein R should be minimal to facilitate equalizer conver­
gence. It is clear that both aims are served by the same algorithm. 
Moreover, the scheme is simple, fast-acting, and operates in proximity 
to the combining circuitry. 

Some issues remain to be settled. One is whether the search algo­
rithm will always converge to either the near-optimal solution or to 
one that, in any case, yields very good performance. The results 
obtained for our limited sampling of response pairs offer encourage­
ment on this score. Another issue concerns the effectiveness of diver­
sity combining over a statistical ensemble of fading conditions, that is, 
we have obtained results here for just eight selected response pairs. In 
a separate study, however, we invoked a recently developed statistical 
model for dual-diversity channels20'21 to simulate a large population 
(ensemble) of response pairs (Hi(f), H2(f)), and we obtained proba­
bility distributions for Γ and R over that population. The results are 
reported in a companion paper.22 
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